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Low-power 8-bit 5-GS/s digital-to-analog
converter for multi-gigabit wireless
transceivers
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We present a method to realize a low-power and high-speed digital-to-analog converter (DAC) for system-on-chip appli-
cations. The new method is a combination of binary-weighted current cells and R-2R ladder and is specially suited for
modern BiCMOS technologies. A prototype 5 GS/s DAC is implemented in 0.13 mm SiGe BiCMOS technology. The DAC
dissipates 26 mW and provides an SFDR higher than 48 dB for output frequencies up to 1 GHz.
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I . I N T R O D U C T I O N

In the past years, 60 and 120-GHz short-range wireless digital
radios have been evolving [1, 2]. Many implementations
of such radios rely on simple modulation formats such as
amplitude-shift-keying (ASK) or quadrature-phase-shift-
keying (QPSK). In order to realize higher-order modulation
formats and improve the spectral efficiency [3], a medium res-
olution digital-to-analog converter (DAC) operating at few
Giga-sample-per-second (GS/s) must be incorporated in the
transmitter part of radios. Such a DAC can also be used for
pulse shaping [4]. Integrating the DAC with a radiofrequency
(RF) frontend circuitry (up conversion mixers and power
amplifiers) improves the bandwidth and lowers the power dis-
sipation of the DAC by removing the impact of the parasitics
associated with the pad and package. The ultra high-speed RF
frontends of such applications can optimally be implemented
in a SiGe BiCMOS technology. That means the DAC should
be realized in such technologies as well. The SiGe BiCMOS
process is an attractive option, because it promises further
integration of RF frontend and DAC with CMOS baseband
processing logic. This paper focuses on the low-power
implementation of a medium resolution DAC in SiGe
BiCMOS technology.

In recent years, 6-bit DACs with sampling rates in excess of
20 GS/s have been implemented in SiGe BiCMOS [5], CMOS
[6], and InP [7] processes. Such converters are not targeted for
system-on-chip applications, and at best, offer a power dissi-
pation of 0.75–1 W (see [5–7]). Table 1 lists some examples

of DACs operating from 1 to 12 GS/s. The current steering
topology is the most used approach for DAC realization at
this speed class. The challenge in the design of such DACs
is to obtain sufficient spurious free dynamic range (SFDR)
at high output frequencies, which is directly related to the
output impedance of the switching transistor. While recent
multi-GS/s DACs, shown in Table 1, are implemented in
CMOS technology, the limited output impedance of advanced
CMOS transistors necessitates extra circuitry/techniques such
as cascoding [14] or double sampling [10], to obtain a good
SFDR at high frequencies. From this perspective, a BiCMOS
implementation seems promising, because of the larger
output impedance of SiGe hetero-junction bipolar transistor
(HBT). For aforementioned wireless systems, power dissipa-
tion is another important parameter. Table 1 shows an
expected correlation between full-scale output current and
power consumption of a DAC. A higher full-scale output
current, translates into larger devices in the current switching
array, which, in turn, results in a bigger capacitive load for the
digital circuitry (driving the current cell array) and higher
power consumption. This points to the advantages of full inte-
gration; a stand-alone DAC is usually designed to drive low
Ohmic (e.g. 50 V) loads. Hence, to achieve a practical
output voltage swing across such loads, a large peak-to-peak
current must be provided by the DAC, increasing the
current consumption. Alternatively, if the DAC is monolithi-
cally integrated within a system, the load resistance of the
DAC can be selected in the few hundreds ohm range,
thereby reducing the DAC full-scale current.

In this paper, we design a current steering DAC that can be
embedded into a protocol-agile wireless transceiver. We
demonstrate the possibility of avoiding segmentation by
employing a new topology for the current switch array and
taking advantage of high-speed HBTs of a BiCMOS technol-
ogy. A resolution of 8 bits and a signal bandwidth of 1 GHz
are selected. To ease the post-filtering (smoothing filter), the
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sampling rate of the DAC needs to be 3–5 times larger than
the signal bandwidth. A sampling rate of 5 GHz is therefore
chosen. The prototype presented in this paper provides
small core area (0.06 mm2), low power (26 mW) and high
SFDR (48 dB), which makes it an attractive choice for many
applications. This paper is organized as follows; in Section
II, challenges of the design of a low-power BiCMOS DAC
and the proposed solution are described. In Section III, differ-
ent parameters affecting the circuit performance are studied.
Section IV presents the prototype chip and measurement
results. Conclusion is drawn in Section V.

I I . D A C T O P O L O G Y

There are three main approaches to realize a current steering
DAC as shown in Fig. 1. All three topologies have similar

full-scale output current of IFS. In the N-bit full-binary realiz-
ation of Fig. 1(a), N differential pairs are used as current
switching cells (CSC), and the tail currents are scaled from
IFS/2 to IFS/2N. The second approach, shown in Fig. 1(b),
uses an R-2R ladder to implement the binary weights [15],
while all CSC have the same tail current. Fig. 1(c) illustrates
the third approach, often called segmentation, which uses an
M-bit unary section, consisting of 2M21 similar CSCs and a
(N-M )-bit binary section. Segmented architecture requires
encoding of M digital inputs from binary into thermometer
code. Generally, the outputs of the thermometer decoder
have to be retimed with each other and with the binary
section as well.

Table 2 compares the three topologies in terms of the total
current dissipation in the CSC array, and the complexity of the
digital circuitry regarding the latches or flip-flops preceding
the CSC and also the thermometer decoder (not shown in
Fig. 1). As it can be seen, the binary DAC has the least
current consumption and complexity. Compared with the
binary topology, the R-2R DAC consumes more power in
the CSC array, whereas the segmented DAC consumes more
power in the digital circuitry. At high sampling rates, the ther-
mometer decoder and retiming flip-flops not only dissipate
extra power but also result in larger silicon area. The increased
area of the digital block necessitates longer tracks for intercon-
necting blocks and also for the clock signals, which, in turn,
increases the power dissipation of the clock driver circuitry.

One drawback of the binary topology is related to the
limited current gain (b) of the bipolar transistor and variation
of b with the collector current itself. To obtain the highest
accuracy, we should size the switching transistors according
to the tail current source. That means the least-significant-bit
(LSB) CSC uses the minimum-size transistor, and the MSB
switching transistors are 2N21 times larger. This leads to a
very large transistor for the MSB cell, introducing a large
capacitance at the input of the cell, the common emitter
node of the switching pair, and in addition, at the output
node of the DAC. On the other hand, if we do not scale the

Fig. 1. Three realizations of an N-bit current steering DAC.

Table 2. Comparison of conventional topologies (N: DAC resolution; M:
bits for unary part).

Binary,
Fig. 1(a)

R-2R,
Fig. 1(b)

Segmented,
Fig. 1(c)

Current in CSC array IFS (N/2) IFS IFS

Total number of
latches

N N 2M 2 1 + N 2 M

Thermometer
decoder

No No Yes

Table 1. Examples of high-speed DACs.

Reference Topology Res. (bit) Rate (GS/s) Full scale (mA) Power (mW) SFDR at fin (dB) Technology

[8] Segmented 6 2.4 5 14 36 at 1.16GS/s 65 nm CMOS
[9] Binary 6 3 8 29 48 at 30 MHz, 36 at 1.4 GHz 130 nm CMOS
[10] Segmented 8 1.6 20 90 55 at 800 MHz 90 nm CMOS
[11] Segmented 8 12 32 190 51 at 750 MHz, 32 at 1.5 GHz 90 nm CMOS
[12] Segmented 10 1 16 110 61 at 490 MHz 350 nm CMOS
[13] Segmented 10 1 2.7 49 61 at 193 MHz 90 nm CMOS
[14] Segmented 12 2.9 50 188 72 at 100 MHz, 51 at 600 MHz 65 nm CMOS
This Work Binary 8 5 4 26 48 at 1 GHz 130 nm BiCMOS
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size of switching transistors, the dependency of b and
common-base current gain (a) on the collector current will
deteriorate the accuracy. Typically, b of a transistor is
maximum at medium collector currents and it decreases
when the collector current approaches IC,fTmax (the collector
current at which the transit frequency, fT, is maximum), or
when collector currents is very low [16]. This means that
the ratio between collector and emitter currents of the switch-
ing transistors is different for different CSC. Representing the
current gain of the switching transistor by bLSB and bMSB for a
collector current of IFS/2N and IFS/2, respectively, we will have

IMSB

ILSB
= aMSB(IFS/2)

aLSB(IFS/2N )
≈ 2N−1 1 + 1

bLSB
− 1

bMSB

( )
. (1)

Thus, the error in the output current of MSB cell is

DIMSB = 2N−1 bMSB − bLSB

bLSBbMSB
ILSB. (2)

For example, for an 8-bit DAC, if bLSB is 50 and bMSB is
200, the error in the MSB current will be 1.92ILSB.

Another drawback of the binary method is related to the
different switching speed of CSC. Assuming that a CSC is
driven by a current-mode-logic (CML) circuit with a collector
resistor of RC and a parasitic output capacitance of CC, the
time constant of the circuit can be written as

t ≈ (RC||rp1)[Cp1 + (1 + A)Cm1 + CC + Ccon], (3)

where rp1, Cp1, and Cm1 are small-signal base-emitter resist-
ance, base-emitter capacitance, and base-collector capaci-
tance, respectively. Parameter A is the small-signal voltage
gain of the stage and Ccon is the capacitance of interconnects
between the CML driver stage and the switching cell.
Capacitor Cp1 can be represented as (IC/vT) t F + Cje1,
where tF is the forward transit time of the base charge, vT is
the thermal voltage (26 mV at room temperature), and Cje is
the base-emitter junction capacitance [16]. For a switching
transistor that is K times the minimum-size transistor,

Equation (3) can be rewritten as

t ≈ RC||(b
vT

IC
)

[ ]

× IC

vT
tF + KCje + K(1 + A)Cm + CC + Ccon

[ ]
, (4)

where Cje and Cm represent the parasitic capacitances of a
minimum-size transistor. Figure 2 illustrates the variation of
the time constant versus tail current source in a CSC, calcu-
lated using (4). If the driver circuitry is the same for all
CSC, it is not possible to obtain similar time constants for
different cells in a binary DAC. This will introduce cell-
dependent delay difference among cells and deteriorate the
SFDR [17]. The lower the difference among tail currents,
the lower the difference among time constants will be. From
(4), one can expect that it is possible to make time constants
equal by having dissimilar RC (i.e. different driver output
resistance) for each CSC driver. However, this is difficult to
guarantee (without some type of calibration) because majority
of the parameters in (4) are process dependent. Moreover, RC

has a relation with the speed and the output swing of the
driver stage and changing RC can result in different time
constants in different driver stages.

Because of the aforementioned drawbacks of full-binary
DACs, R-2R, and segmented architectures are often utilized
to achieve a good linearity and dynamic performance. Here,
we propose a solution based on the idea that minimizing the
difference of the tail current sources in a binary DAC can
improve the accuracy and dynamic performance. This is
done by simultaneous usage of the full-binary structure for
the MSB cells and R-2R ladder for the LSB cells. The architec-
ture of the designed 8-bit DAC is shown in Fig. 3. The tail cur-
rents of the first two MSB cells are scaled, but for the
remaining bits, the current weighting is performed by a resis-
tive R-2R ladder. The advantages of this method are

† Current consumption is equal to 1.5IFS, significantly
smaller than that of a complete R-2R implementation
shown in Fig. 1(b)

† The number of latches is still N ¼ 8 and there is no need for
a thermometer decoder

† The ratio of the currents in the switching cells is only 4, and
therefore, the current mismatch of cells and the impact of b
variation are small. This results in a lower integral non-
linearity (INL) and differential non-linearity (DNL),
when compared with that of Fig. 1(a). The reduced ratio
of the transistor sizes keeps the parasitic capacitances at
the collector node of the tail current transistors small,
resulting in high output impedance at high frequencies.
The code-dependent delay difference among different bits
is also decreased compared with the full-binary circuit of
Fig. 1(a), resulting in a better SFDR.

I I I . C I R C U I T D E S I G N

A) Mismatch
The static accuracy of the DAC is mainly a function of mis-
match of emitter resistors (RE, 2RE, and 4RE), transistors of
tail current sources, and also the mismatch of the resistorsFig. 2. Variation of the time-constant of a CSC with the tail current (IEE).
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in the ladder (R and 2R). In Fig. 3, the mismatch between two
current sources of size Iu ¼ IFS/8 can simply be calculated
using the method in [15] as

DIu

Iu
= DVBE

4RE(IFS/8)
+ D(4RE)

4RE
, (5)

where DVBE is the base-emitter voltage mismatch of two
minimum-size transistors, and D(4RE) is the mismatch of
the 4RE resistors. By choosing a large REIFS in (5), we can
reduce the impact of VBE mismatch.

We can determine the mismatch requirements for obtain-
ing a certain INL (typically 0.5 LSB) using Monte-Carlo simu-
lation. Figure 4 shows the results of a Monte-Carlo simulation.
As it can be seen, standard deviation mismatch of 1% for the
ladder resistor R and 0.25% for 4RE result in a worst case INL
of 0.4 LSB. In this design, the mismatch of the emitter
degeneration resistors is more influential than that of the
ladder resistors because the R-2R ladder is used for the LSB
cells, and the accuracy of the MSB and MSB-1 currents is
independent of the ladder. Figure 4(c) shows the result for
the case where mismatch of all resistors and transistors is
taken into account. Size selection and layout are done carefully
in order to provide an INL below 0.5 LSB in 99.7% of cases.

B) Output impedance of CSC
The DC output resistance of the CSC affects INL and DNL. As
the output frequency increases, the output impedance of the
CSC is degraded by parasitic capacitances. This effect can be
analyzed according to the method used in [12, 18]. Figure 5
shows the magnitude of the output impedance of the smallest
current switch (biased at IFS/8), with and without considering

the collector capacitance of the switching transistor. For the
cells that are connected to the ladder, the collector capaci-
tances of the switch (CO in Fig. 5) will affect the high-
frequency performance of the DAC. For the cells directly
connected to the output, these capacitors can be considered
as part of the load capacitance (and cannot generate distortion
if their voltage dependency is small). The magnitude of the
output impedance including collector capacitance (zcsO) at
the output frequency of fout (.p0) is given by

zcsO| | ≈ bro
po

fout
= 1

2pfoutCO
, (6)

where ro is the collector-emitter resistance of the switch tran-
sistor and po is the frequency at which the output impedance
starts to decrease:

po =
1

2pbroCO
. (7)

Equation (6) shows that for CSC connected to the ladder, it
is important to keep the parasitic output capacitance of the
switch transistor to a minimum. That is to use the minimum-
size transistor. A formula for the INL caused by the limited
output impedance of the CSC connected to an R-2R ladder
is numerically found as

INLr ≈ 0.32 × 2J R
zcsO| | , (8)

where J (≤N) is the number of cells connected to the R-2R
ladder. We want the impact of the output resistance on the
INL to be much less than the INL caused by mismatch, e.g.

Fig. 3. Proposed binary-weighted DAC.

Fig. 4. Monte-Carlo simulation results (1000 runs) for: (a) sR ¼ 0.01 for the ladder resistance, (b) s4RE ¼ 0.0025 for the emitter resistance, and (c) including all
mismatches.
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INLr , 0.1 LSB. To satisfy this condition, the output impe-
dance should be above 51 kV in this design. This is feasible,
as shown in Fig. 5, since the output impedance remains
above 70 kV up to 1 GHz, due to the low parasitic capaci-
tances of the minimum-size bipolar switch transistors.

For the MSB cells that are directly connected to the output
node, the magnitude of the output impedance (without CO) at
fout is given by

zcs| | ≈ bro
p1

fout
≈ ro

fT

fout
if p1 , fout , fT , (9)

where p1 is the frequency at which |zcs| starts to decrease:

po =
1

2prp1Cp1
. (10)

Equation (9) is valid, if rp1 is much smaller than the output
resistance of the tail current source, and if capacitance C1 is
dominated by Cp1. To achieve an SFDR of 20 log(1/Q), the

output impedance must remain above [18]

zcs| | . RL
2N − 1

4Q
, (11)

in which RL is the load resistance, and is equal to the ladder
resistance in this design. Q is the ratio of the largest output
harmonic to the fundamental tone. Equation (11) is obtained
for a conventional DAC having 2N 2 1 identical CSC. For the
proposed structure, the formula can be modified by replacing
2N 2 1 with the number of unit cells that are directly con-
nected to the output. For example, for the 8-bit DAC of
Fig. 3, three CSC, biased at IFS/2, IFS/4, and IFS/8, are con-
nected to the output node. This is equivalent to seven unit
cells, each biased at IFS/8, connected to the output.
Replacing 2N21 with 7 in (11), our design requires |zcs| .

0.14 MV for an SFDR of 50 dB. This is satisfied, thanks to
the large output resistance and the high fT of the HBT
switch transistor.

C) Delay difference of CSC
Another source of dynamic performance degradation is the
difference in delays of different CSC [17]. A system level simu-
lation was performed in which the delay of the CSC of the
MSB was changed while other CSCs were assumed to have
similar delay. The result of this simulation is shown in
Fig. 6(a). Up to a delay difference of 1.5 ps, the SFDR
remains above 50 dB. Next, a transistor-level simulation was
performed. Figure 6(b) compares the output current of the
MSB cell with twice the current of the MSB-1 cell. The cells
have different time constants, as predicted by (4), and there-
fore not only the delay but also the rise time is different.
The difference in the time constant of the cells is sufficient
for an SFDR better than 50 dB at 1 GHz. Keeping the delays
as close as possible also requires careful layout of the clock dis-
tribution network and the current summation network at the
output of the CSC.

D) Latch
In this design, we use similar latches at the input of all CSCs.
In the latch, shown in Fig. 7, minimum-size bipolar transistors
are used to reduce the size and power dissipation. The latch
is based on the standard CML family. In addition, transistors
Q5 and Q6 are added to reduce the input data feedthrough
when the latch is in the “hold” state (i.e. Q1 is off). If the

Fig. 5. Output impedance of the current switching cell (CCS is the
collector-substrate parasitic capacitance, and C1 is the total parasitic
capacitance at the emitter of Q1 and can be approximated by Cp1).

Fig. 6. (a) Impact of the MSB timing skew on SFDR ( fout ¼ 1 GHz) and (b)
simulated timing skew between IMSB and 2 × IMSB21 cells.

Fig. 7. The high-speed latch.
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input data feedthrough was not eliminated, we would need to
add a limiting amplifier at the output of the latch, to prevent
any feedthrough from reaching CSC, and that would increase
the power dissipation. As shown in Fig. 7, transistor M2 pro-
vides a small current to flow through the cross-coupled latch-
ing transistors, and it avoids complete turnoff of this stage
when Q2 is off. This results in shorter regeneration time
when the latch goes from the track state to the hold state.
The capability of setting/resetting is also foreseen for future
applications (e.g. calibration).

I V . M E A S U R E M E N T R E S U L T S

The DAC is fabricated in a 0.13 mm SiGe BiCMOS process.
Figure 8 shows the chip micrograph. The total active area of
the DAC (excluding the input buffers) is 0.06 mm2. The size
of the die is limited by the number of pads. To avoid using
large silicon area for such a small circuit, the input bits are
single-ended (as opposed to the conventional differential sig-
naling). On-chip differential pairs are used to convert the
single-ended input signals to differential. As explained later,
this has a negative impact on the performance of the DAC.

In the measurements, the DAC die was directly wire-
bonded to a printed circuit board. Figure 9 shows the results
of non-linearity measurements. INL and DNL measurements
were performed by applying a low-speed digital ramp to the
DAC and measuring the output signal using a high-
impedance precision voltmeter. The DNL and INL are
below 0.58 and 0.29 LSB, respectively. The peak in the DNL
at the mid-range is the well-known characteristic of a binary-

weighted DAC. The DAC dissipates 12 mW (from a 3 V
supply) in analog section and 14 mW (from 2 V supply) in
digital parts. The peak-to-peak differential output current is
4 mA. This output current results in a 1 Vpp,diff full-scale
output voltage swing, if the load impedance is much larger
than the ladder resistance (250 V). The full-scale output
swing reduces to 0.167 Vpp,diff for a 100 V differential load.

For dynamic measurement, Agilent’s 81250 ParBERT was
used to generate the data pattern. Clock signal of the DAC
was generated by an Agilent E8257 low-jitter signal generator.
The differential output of the DAC was converted to single
ended (by a passive phase shifter and a power combiner)
and then it was applied to Advantest U3772 spectrum analy-
zer. Due to the limited speed of the pattern generator, the
DAC can be fully characterized up to 3.3 GS/s only. To
measure the performance of the DAC at 5 GS/s, a 2.5 GS/s
pattern was generated but, the clock of the DAC was 5 GHz.
Figure 10 shows the SFDR measurements at two different
sampling rates. As it can be seen, SFDR remains above
48 dB up to 1 GHz output frequency. The time domain per-
formance was evaluated as well. MSB was changed from
1 to 0 and then the output was captured by an Agilent
DCA86100 sampling oscilloscope. A 20–80% rise time of 29
ps was measured. Assuming first-order frequency response,
the time constant and bandwidth of the output can be
approximated by 21 ps and 7.6 GHz, respectively. The settling
time is 110 ps, well below 200 ps which is required for 5 GS/s
operation.

Figure 11 shows an example of the output spectrum. The
SFDR is limited by the second-order harmonic. This is the
case for all high-frequency outputs and it can also be repro-
duced in simulations. The reason of having a large second har-
monic in the differential output was carefully investigated. It
was found that the even harmonics at the output are generated
because of a small variation in the period of the on-chip clock
signal. The input clock is a single-ended sine-wave that is con-
verted to a differential square-wave by a differential pair.
When the single-ended input bits of the DAC are changed,
a small variation in the on-chip digital ground potential
happens due to the current in 50 V termination resistors.
This variation in the ground potential is equivalent to vari-
ation of threshold voltage of the single-ended-to-differential
converter. Consequently, the clock period is slightly (1–2 ps)
changed with the input data pattern, resulting in the output
distortion. The degradation of the SFDR at frequencies
higher than 1 GHz in Fig. 10 is believed to be caused by this
problem. This phenomenon can be alleviated by using a

Fig. 8. Chip photograph.

Fig. 9. Measured static performance of the DAC. Fig. 10. Variation of SFDR with signal frequency.
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clock input with faster rise/fall times. This is the reason why in
Fig. 10, the SFDR improves by increasing the clock frequency.
Employing differential signaling for both data and clock
inputs could be a better solution. After fixing this problem,
and according to both theoretical analysis and transistor-level
simulations, we expect the SFDR of the DAC to remain above
48 dB up to the Nyquist output frequency. As shown in
Fig. 11, even in the current design, the third harmonic level
of the output signal is 255 dB, which shows that the distor-
tion caused by the finite output impedance and data-
dependent delay is acceptable for 8-bit operation. Effective
number of bits (ENOB) of the DAC, derived from the
measured spectrum, is close to 8 bit at low-output frequencies
but drops to 6.8 bit when output frequency approaches 1 GHz.
Reduction of the ENOB is also contributed to the harmonics
and spurs that are caused by the variations of the clock
period. Table 3 summarizes the specification of the DAC.

V . C O N C L U S I O N

A high-speed, low-power, binary-weighted DAC was pre-
sented. This work shows that modern BiCMOS technologies
offer the capability to realize high-performance CSC for a
medium-resolution binary-DAC in the GHz range. A proto-
type chip was fabricated and an SFDR of 48 dB was achieved
up to 1 GHz output frequency, while dissipating only 26 mW.
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